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Abstract:

This paper describes an instrumentation amplifier (IA) architecture with a
mechanism that generates negative capacitances at its input. Two 8-bit
programmable capacitors between the input stage and the current feedback loop of
the TA allow adaptive cancellation of the input capacitances from the electrode
cables and printed circuit board. The proposed negative capacitance generation
technique can improve the input impedance from a few megaohms to above 500
MQ without significant impact on performance parameters such as the common-
mode rejection ratio (CMRR), power supply rejection ratio (PSRR), total
harmonic distortion (THD), and noise. Furthermore, a current injection circuit is
introduced for on-chip input impedance estimation. An operational
transconductance amplifier (OTA) and associated key design concepts are
presented in this paper that achieve a transconductance of 25 pS and an output
impedance above 4 GQ. The 1A and the test current generator were designed and

simulated using 0.13pm CMOS technology.
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1 Introduction

Battery-powered portable or implantable biopotential and bioimpedance
measurement devices are becoming increasingly widespread in the medical
diagnostics field. The signal acquisitions of the main biosignal-sensing
applications such as electroencephalography (EEG) and electrocardiography
(ECG) involve voltage measurements from a few microvolts to several millivolts
[1-3]. Biopotentials are conventionally acquired using electrodes covered with
electrolyte gels or solutions to decrease the contact impedance at the skin interface
to values below 10 kQ. However, wet-contact measurements cause discomfort and
dry out in novel long-term monitoring applications such as in brain-computer

interfaces where EEG signals are acquired and analyzed over hours or longer [4].

In general, dry electrodes such as inexpensive Ag/AgCl are better suited for long-
term monitoring, but their use is associated with increased contact resistances that
can be above 1 MQ [1]. This characteristic complicates the measurement of small
biopotentials in the range of a few microvolts for EEG applications by requiring
very high input impedance at the analog front-end amplifier of at least 500 MQ
[5]. Nevertheless, a significant problem is that this impedance is affected by
parasitic capacitances of the integrated circuit package as well as electrode cable
and printed circuit board (PCB) capacitances that could be as high as 50-200 pF at
the input of an instrumentation amplifier (IA), as shown in Fig. 1. For instance,
when the goal is to record EEG signals with frequencies up to 100 Hz, an interface
capacitance of 200 pF would limit the input impedance at 100 Hz to
approximately 8 MQ, which would cause excessive attenuation such that the EEG

signal cannot be measured reliably.

A possible solution for boosting input impedance would be to add a classical
negative impedance converter (NIC) at the input of the IA. Fig. 2 shows a
simplified NIC circuit that could be used to generate a negative capacitance at the
input node of the IA if the component Z is a capacitor [6]. However, this approach
would require an additional amplifier, whose power and area consumption is
undesirable. Furthermore, the additional noise from the operational amplifier at

the input of the IA would have to be carefully assessed. The negative capacitance



generation scheme proposed in this paper is integrated into the IA and thereby

avoids an extra amplifier.

The discussed IA is designed as part of a larger project in which the goal is to
automate the input capacitance cancellation as visualized in Fig. 1 with on-chip
monitoring using a digital signal processor (DSP) and with a programmable
capacitor bank within the IA for tuning [7]. The calibration system will include an
on-chip test current generator (is) with high output impedance and low output
noise. As shown in Fig. 3, the test current generator consists of a relaxation
oscillator, a limiter, a frequency divider, and an operational transconductance
amplifier (OTA) [8-9]. In calibration mode, the test currents will be injected to
generate a voltage swing at the instrumentation amplifier input, which will be
amplified and lowpass-filtered in the analog EEG front-end blocks for input
impedance evaluation based on amplitude estimation with voltage level detectors

or an analog-to-digital converter (ADC).

This paper concentrates on design aspects of two critical circuits in Fig. 1: the TA
with negative capacitance generation and the OTA that injects the test current
(itest) for input impedance evaluation. TA design with input capacitance
cancellation for impedance boosting has general usefulness in emerging
biopotential and bioimpedance measurement applications regardless of how the
tuning method is implemented. The proposed IA design method is introduced in
Section 2, which includes a comprehensive analysis of the IA’s small-signal
model and the negative capacitance generation method. The proposed low-
transconductance OTA for test current generation is described and analyzed in
Section 3. Simulation results of the IA with input capacitance cancellation are
presented in Section 4 and compared to the results of an identical [A without input
capacitance cancellation. The assessment of the [A’s input impedance in Section 4
is conducted together with the test current generator. Conclusions are provided in

Section 5.



2 Instrumentation Amplifier with Negative Capacitance

Generation Feedback

Fig. 4(a) shows the schematic of the widely used IA topology with direct current
feedback, where the DC gain of the IA is decided by the ratio R2/R;, and the
dominant pole depends on R2and C> [7, 10-11]. In Fig. 4(a), Vbias is derived from
a reference current and a diode-connected transistor to set the DC current of Muail.
In order to test the input impedance of the 1A, resistor R> has been designed with
digital programmability to implement four different gain modes as illustrated in
Fig. 4(b), where the smallest gain setting is 20 dB. Amplifier Bl was realized as in
[10]. Fig. 4(c) shows the input bias circuity of the IA using pseudo-resistors [12].
The pseudo-resistors ensure high impedances and a stable commode-mode DC
voltage (Vem-pC) at the input nodes (vi+, vi-) of the IA. The effective impedances
from the inputs (vi+, vi-) of the IA to Vbias are 4.7 GQ at DC and 3.36 GQ at 100
Hz, respectively. The transfer functions from the inputs (vi+, vi.) to v4, va, vc, vb,
VE, VF, VH, VI, VJ, VK, and v, are provided in Section II-A to evaluate the possibilities
for negative capacitance generation feedback (NCGFB). Since nodes vc and vp in
Fig. 4(a) are the most appropriate locations to obtain suitable gains for generating
negative capacitances at the inputs (vi+, vi.), the NCGFB realization at these two

nodes is elaborated in Section 1I-B.

A. Instrumentation amplifier small-signal model analysis

Fig. 5(a) shows the small-signal model of the IA’s input stage and the current
feedback loop for solving the transfer functions from the inputs to internal nodes.
All parasitic capacitances are omitted during the analysis because the typical
applications of this A are at frequencies below 1 kHz. It is also noteworthy that the
small-signal inputs (v4 and vs) of the differential pair (Ms and Me) in the feedback
loop are not truly differential due to the asymmetric characteristic looking into v4
(M3 is diode-connected) and vs (M4 is not diode-connected). Hence, the phase of v
follows that of v4, and ve is not a virtual ground. For this reason, the small-signal
drain-source resistance (1/gdsMtil) of Muil should be taken into account during the
analysis.Note that the conditions gmi = gm2, Em3 = Zmd, Em5 = Zm6, Em7 = Zms, m9 =

gm10, and gmbs = gmbe are valid for this analysis in the absence of device mismatches.



Furthermore, the same definitions as in [7] are used next: vin= Vvi+ - Vi.= VE - VF,
where vi+ = vin/2 and vi. = -vin/2. With these definitions, the following voltage gains

from vin to v4-G can be derived from equations (A-1) to (A-8) in the Appendix:

4, , _Ya _ w1 Easwai , 1)
vin D
AV B = V_B = ng’M7 + gM,M7 .gds,Mtail , (2)
’ Vie o 8mms Emmo R D
A = V_C — 1 _ gm,M3 : gm,M7 ) gds,Mlail (3)
v.Cc = ,
Vo &mao R e D
A :v_D:_ 1 _g’”,M3.gWI,M7'gdS,Mail (4)
P Vin gm,M9 ’ Rl gm,M‘) : D
A :V_E:l+gm,M3 *8mm7 " 8as,Mait ’ (5)
ot vin 2 gm,Ml D
A :V_F:_l-l- g’”’M3 'gm,M7 'gds,Mmﬂ (6)
" Vin 2 gm,Ml D ’
2
4 = Yo _ 2- 3z mmr . 7
"o viﬂ gm,M9 . D

where: D=[(2-gmM512:Zmb M5+gds Mtail)* Em,M3* Em,M7-Zm,M5° Em,M9* ds, Mtail | R1.

The voltage gains from vin to vk and to v in Fig. 5(b) can be found from (A-9) to

(A-14) in the Appendix:
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From (1) and (2) it can be observed that Ay,s is always larger than A4, and that
Av,.4 and Av,s have the same phase. Equations (3) and (4) show that Av.c and Av.p
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are in anti-phase. Although these gain magnitudes are not equal, nodes vc and vp
are well-suited as points at which the NCGFB can be added. From (5) and (6), the
gains Av,r and Ayr have the same phase if gmMm3 gmM7 ZdsMtail/(gmMi1-D) > 0.5,
which would complicate the use of nodes ve and vr for NCGFB. The gains Av.n,
Av1, Av and Avk in the output stage of the IA have the same phase. Thus, these
nodes are not suitable for adding the proposed NCGFB.

B. Negative capacitance generation feedback analysis

Fig. 6 shows the proposed NCGFB implementation with an 8-bit digitally-
controlled capacitor (Cp - 27-Cp) and one fixed capacitor (Cpo) between nodes vi+
and vc. The maximum and minimum capacitance values occur with Sp7,6,54,32,1,0=
[I1111111] and [00000000] respectively, where '1' or '0' indicate that the switch is
turned “on” or “off”. The same programmable capacitor configuration was
connected between nodes vi- and vp with control switches Sn7,6543.2,1,0. Neglecting

the very high resistance at the gates of the transistors, the input impedances (Zinp

and Zinn) in Fig. 1 can be derived as

_ L (13)
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where Csp and Csn are the lumped cable and PCB capacitances at the positive and
negative inputs of the 1A, and Crotari+ and Crotal,i- represent the IA’s total equivalent
capacitances at the inputs vi+ and vi- respectively. The tuning range of the 8-bit
capacitors can be designed to compensate for the 50-200 pF capacitances from the
cables and PCB by generating negative Crotli+ and Ciotali- values through the
presented NCGFB configuration. This property becomes evident after using
Miller approximations to express Ciotali+ and Ciotali- in terms of the previously

derived gains:
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where Cgsx and Cgdx are the parasitic gate-source and gate-drain capacitances of
transistor Mx. Note that Ay,p is negative based on (4), and that this negative gain

dominates in (16). Therefore, the total equivalent capacitance in (16) is negative.

3 Test Current Generator Design

The test current generator in Fig. 1 injects AC current itest into the IA input such
that a corresponding voltage swing appears, which depends on the magnitude of
the input impedance. The on-chip oscillator in Fig. 3 generates a 20 kHz rail-to-
rail square wave, which is divided down to 19.5 Hz. A voltage limiter converts the
rail-to-rail signal to an 80 mV differential peak-to-peak level that is compatible
with the OTA input requirement. The OTA’s transconductance is designed to be
25 pS, which makes the it.st magnitude equal to 1 pA. If the input impedance of
the IA is boosted to above 2.5 GQ at 19.5 Hz, the voltage swing at the IA’s inputs
would be more than 5 mV peak-to-peak because of the harmonics. This voltage
swing is amplified and filtered by the following stages in the analog front-end.

The requirements of the OTA for test current generation are stringent because of

its interface with the TA:

1.) The output impedance of the OTA should be high enough to avoid excessive
loading effects even when the input impedance of the IA reaches more than
500 MQ at frequencies up to 100 Hz.

2.) The output voltage amplitude is limited by the IA’s input range that is
designed for EEG signals, requiring an OTA transconductance in the sub-
nano-Siemens range.

3.) The output noise of the OTA should be small enough compared to the small
voltage swing at the IA input during the current injection test mode. Here, we
assume an output noise target of less than 100 uVms integrated from 0.01 Hz
to 100 Hz.

4.) The power supply rejection ratio (PSRR) and common-mode rejection ratio
(CMRR) of the OTA should be similarly high as in typical analog front-ends
for biosignal processing applications.

5.) As part of the test current generator, it is preferred that the OTA has small

layout dimensions and low power consumption.



A. Sub-nano-Siemens transconductance design

The target value of the ITA input impedance is 500 MQ up to 100 Hz. A
differential test current magnitude of 1 pA was chosen to keep the input voltage
swing at the injection node limited to a few millivolts, which maintains linear
operation of the IA and lowpass filter. Hence, the OTA’s transconductance was
designed to be approximately 25 pS. Its differential inputs are limited to 40
mVpeak. There are several methods to design sub-nano-Siemens OTAs [12]. In
the proposed architecture shown in Fig. 7, transistors M2-Ms in Fig. 7(a)
implement a series-parallel current division with an 8:1 ratio, which was adapted
from the OTA design with 33 pS transconductance in [13]. To generate precise
picoampere-range bias currents such as Iv2, the current splitting technique from
[14] was applied as shown in Fig. 7(b) with N = 10 and Irer = 150 nA, which is a
layout efficient configuration to obtain such small currents. With these two
structures, a transconductance of 25 pS is obtained at the cost of the input stage’s

linearity performance which is not critical in this amplitude detection application.

B. Design of an OTA output stage with high output impedance, low
noise, and high PSRR

As depicted in Fig. 7(a), the output stage of the OTA is composed of transistors
M3-Mio, which includes a PMOS common-gate structure (Ms-Mio). Biased with a
DC current less than 1 nA, the output impedance could reach tens of gigaohms
without Ms-Mio. Such high output impedance is desirable for current injection at
the instrumentation amplifier input. However, without Ms-Mio, the output noise of
the OTA would be several millivolts because of the low transconductance of the
transistors in the output stage and the high output impedance. In order to alleviate
the trade-off between low output noise and high output impedance in the
conventional output stage (Ms3-My7), a common-gate structure whose input
transistor is Ms was added to lower the output impedance to approximately 1/gms.
Hence, the OTA’s low-frequency output impedance can be estimated with
equation (17), where gms is the transconductance of Ms. This modification
significantly reduces the output noise.
1
Touora ® —— - (17)

m8



In our previous work [9], Ms was biased with a diode-connected NMOS driven by
a reference current. This creates sensitivity to temperature and process variations.
For example, when the temperature changes, the DC bias voltage provided by the
diode-connected NMOS transistor changes due to the temperature’s effect on the
threshold voltage. Since the gate of Ms is a sensitive node in the output stage,
especially in a scenario where the bias current is only a few picoamperes, the
output impedance (approximately 1/gms) would change significantly in response to
a temperature change. Even though the simple biasing structure consisting of a
diode-connected NMOS and current mirrored from Irer has the advantage of
high PSRR, it is not a good choice when it is required to ensure a high output

impedance that is insensitive to temperature and process variations.

Fig. 7(c) presents the topology for the generation of most of the OTA’s bias
voltages, and Fig. 8 displays the proposed biasing circuit for the PMOS transistor
in the common-gate structure of the OTA output stage in Fig. 7(a). The asterisks
of Mas" and Mas" indicate that these composite transistors consist of multiple unit
transistors in series with shared gate connections, which are implemented in the
same way as Ms3-Mgs in Fig. 7(a). Currents Ivi-Ib4 are generated from the current
splitting structure in Fig. 7(b), and In2’-Iba’ are bias currents produced from Ib2-Ib4
using simple current mirrors, respectively. There are two benefits of the structure
in Fig. 8: one is a high OTA PSRR, and the other is that the voltage Vpb2 adapts to

compensate for temperature and process variations.

Assuming that Irer in Fig. 7(b) is obtained from a current reference circuit with
very high PSRR, then Iv: is also robust to supply voltage ripples because it is
mirrored from Irer using transistors that experience the same gate-source voltage
fluctuations. Thus, if there is a ripple on Vpp, the fluctuation at node A in Fig. 8
can be ignored because Iv1 remains almost constant despite of the ripple from Vpp.
Hence, the mirrored current flowing into Mis also maintains its value, which
causes the gate voltage of Mis (node B) to follow the ripple at Vbp because the
source-gate voltage (Vsc) of Mis is constant as a result of its constant current. As
a consequence, Mi¢ also has an almost constant source-gate voltage in the
presence of a supply voltage ripple, and therefore the drain current flowing into

the diode-connected load is quite insensitive to ripple on Vpp. Note that the



voltage at node C is produced with the same configuration as the bias voltage Vpn2
in our previous work [9], which exhibits a decent PSRR. With a robust voltage at
node C and current mirrored from Iv1, the voltage Vpb2 can be expressed as:

Vpr = Vc - VSG24 - Vcszs > (18)

where Vsaa4 is the source-gate voltage of M24 and Vasas is the gate-source voltage
of Mas™. Both voltages are insensitive to power supply ripple because M2s and
Mas” are biased with the current that is mirrored from Ivi. Hence, Vpb2 exhibits an
equally good PSRR as the voltage V¢ at node C. In the OTA output stage in Fig.
7(a), M7 is biased with a diode-connected PMOS transistor (M27 in Fig. 7(c)).
Therefore, the ripple effect from Vpp through M7 to Vout is negligible. As revealed
by simulation results and comparison in Section 4, the PSRR of the OTA with the

proposed biasing structure is higher than that of our previous design [9].

If we lump the gate-source voltage changes due to temperature and process
variations as threshold voltage changes, the deviation of Vb2 can be expressed as:
AVpb2 =AVe = AVgas = AV 505 (19)
= AV = AViypos = AV = =AVipos '
The underlying assumption in the above equation is that the threshold voltage
changes of the composite transistor Mi7-23 (formed by Mi7 - M23) are the same as
the changes of the composite transistor Mas'. Hence, in the presence of
temperature or process variations, the change AVpb2 = -AVrtHpP24 can compensate
for the change of the threshold variation of Ms as long as the bias current or copies
of the bias currents (In2’, Iv3’, and Iv4’) are generated as robustly as previously
described:
AWsos = Vinps) = AVipog = AV s = 0. (20)
Partial cancellation necessitates that the PMOS transistors are laid out carefully
(i.e., in proximity to each other with a matching technique) such that their

threshold variations are highly correlated. With the proposed structure, the

variation-induced A(Voq —Vyyps) 18 compensated by AVpp2, making the output

impedance of the OTA (= 1/gms) more robust.
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4 Simulation Results

The IA in Fig. 4(a) was designed in 0.13pm CMOS technology for EEG signal
measurement applications. A commensurate IA without NCGFB was designed as
reference for comparison. Table 1 contains the key design parameters of both [As.
Identical supply voltages of 1.2 V and total currents of 78 uA were used for both
designs. Cpo, Cp, Cno and Cn were selected to cover cable/PCB capacitances from
50 pF to 200 pF for the IA across all device corner model cases. Notice that Cpo is
not equal to Cno, and that Cp is not equal to Cn due to the different gains and
phases, as discussed in Section 2-A. Implementing large capacitors as off-chip
capacitors is frequently done in analog front-ends for biosignal acquisitions as in

[2-3, 15]. Therefore, it is assumed here that C2> would not be laid out on chip.

Table 2 summarizes the simulated specification parameters of both IAs. The two
designs have the same gain, bandwidth, root-mean-square input offset voltage and
noise in the typical corner case with Csp = Csi= 200 pF (Fig. 1). The common-
mode rejection ratio (CMRR) was designed to be comparable to a commercial [A
[16]. The Monte Carlo results in Fig. 9 were obtained with foundry-supplied
statistical device models using activated process and mismatch variations. They
show that there are no significant differences in the anticipated CMRR, PSRR, or
THD of both TAs. Fig. 10 displays the simulated noise density versus frequency
for both IAs, which is also not impacted by the addition of NCGFB circuits.

Fig. 11 shows the input impedances of Zinp and Zinn for both amplifiers in the
typical corner case for different Csp and Csn values. The impedances at Zinp and
Zinn for the IA with NCGFB reach 500 MQ or more at 100 Hz. As described in
Section 1, a tuning scheme, such as in Fig. 1, is required to adjust the
programmable capacitors in Fig. 6 to a value that cancels most of the capacitance
at each input. For example, the case with Csp= Csn= 100 pF in Fig. 11(a) requires
that Sp7,6,5.43.2,1,0= [01010110] and Sn7,6,5.43.2.1,0= [01010001]. On the other hand,
without the NCGFB method, the impedances at Zinp and Zinn are below 20 MQ at
100 Hz, which fall short of the 500 MQ requirement for measurements with dry
electrodes [5]. Simulation results in Fig. 11(b) indicate that the IA with NCGFB
has the capability to compensate for different cable capacitances at each input (Csp

=200 pF and Csn= 50 pF).
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Fig. 12 shows the impedances at Zinp for the IAs with and without NCGFB in
different process corner cases with Csp= 200 pF. The impedances at 100 Hz for the
IA with NCGFB are over 500 MQ in all corner cases after adjusting the switch
settings (Sp7,6,5.4.3,2,1,0) of the capacitor array. In contrast, the impedances at 100 Hz
for the TA without NCGFB are less than 20 MQ in all process corner cases. The
proposed technique boosts the input impedance significantly more than the
method in [17], where the impedance increases from 6 MQ to 30 MQ. However,
the trade-off is that the presented IA has higher power consumption compared to

the 2 uW IA in [17].

Fig. 13 shows the simulated output impedance of the OTA in the test current
generator for different temperature and process variation cases, which
demonstrates that the output impedance is reliably high enough for current
injection with the proposed biasing structure for the output stage. Table 3
summarizes the simulation results of the OTA’s most important parameters for the
target application. As discussed at the beginning of the Section 3, the design
approach with the proposed OTA focuses on the realization of sub-nS
transconductance with substantial output impedance, adequate output noise, as
well as good CMRR and PSRR. These application-specific characteristics are
needed for reliable pico-ampere current injection at the high-impedance input
nodes of the instrumentation amplifier with a limited voltage swing to avoid
saturation. As a consequence, this OTA is different from conventional low-
transconductance OTA designs for filters with low cut-off frequency, which are
typically optimized for low input-referred noise, low distortion, and high dynamic
range [18]. Nevertheless, for comparison, Table 3 lists the reported parameters of
some similar OTAs found in the literature. Fig. 14 displays the voltage swings
(with and without NCGFB) at the IA’s input using the described OTA for current
injection. In an automated calibration such as in Fig. 1, this input signal would be
amplified and filtered for impedance estimation through amplitude detection. The
simulation result in Fig. 14 reveals that the input impedance is greatly boosted by
the NCGFB activation, and that the voltage swing at the IA input is far above the

noise level during the test current injection with the OTA.
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5. Conclusion

This paper described an input impedance boosting technique for integrated
instrumentation amplifiers and a test current generation circuit for the approach.
Designed in 0.13um CMOS technology, the operational transconductance
amplifier for test current injection has a low transconductance of 25 pS. It also has
high output impedance above 4 G in the presence of variations to enable current

injection testing for estimation of the instrumentation amplifier’s input impedance.

The negative capacitance generation feedback of the instrumentation amplifier can
boost its impedance from below 20 MQ to above 500 MQ at 100 Hz after the
proper adjustment of digitally programmable capacitors. Based on Monte Carlo
simulations, important performance parameters such as CMRR, PSRR and THD
are not significantly affected by the proposed input capacitance cancellation

technique.

Appendix

Without the effect of the NCGFB, the current summation equations at nodes 1
through 4 in Fig. 5(a) are:

V. —V
ER £ +gm,M1(VE _Vi+)+gm,M9vD =0, (A-1)
!
V. —V
ER £ _gm,Mz(VF _Vi—)_gm,MIOVC =0, (A-2)
1
gm,Mz(VF -V, )- EnmaVa = 0, (A-3)

(gm,Ms t&ubrs T 8mme T 8mbrie T s it We —8umsVa " EmmeVe = 0; (A-4)
where gmMi-gmMio are the transconductances of Mi1-Mio, gmbMs and gmb Me are the
body effect transconductances of Ms and Ms, and gds Mtil is the small-signal drain-
source admittance of Mui. From Fig. 5(a), the voltages v4, vc, ,vp, vé can be

expressed as

g (V _VH)
= EmanlVe Vi) (A-5)
gm,M3
+ Ve — v
vy = Bmrs ¥ s Ve = s (A-6)
Emm7
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+ Vo — v
v, = (86 + 8unbs6)Ve ~ 8marsVs , (A-7)

gm,MS

_ 8nmsVe T 8umsVa (A-8)

Ve = .
(gm,M3 + gmb,m)

For the output stage of the IA, the current summation equations at nodes 5 and 6 in

Fig. 5(b) are:

v, —vy)

% + gm,M13(v] -v,)+ Ve = 0, (A-9)
2

(v, —v

IZ—H) ~&nm1aVu ~ Emmi2Vp = 0; (A-10)
2

where Z>= R2||(1/sCz2). Note that the design conditions gmi1= gmi2, gmi3= gmi4, and
gmis = gmie are assumed for this analysis in the absence of device mismatches.

From Fig. 5(b), the voltages vk, vs, and vo can be expressed as

_ gm,M13(V1 -v,)

Vi = , (A-11)
gm,MlS
\%
v, = EnmiaVu ’ (A-12)
gm,M16
Vo = AV,BI(VJ — Vi) (A-13)

Based on (A-11), (A-12) and (A-13), if the voltage gain (Avspi1) of Bl is

approximated to be infinite for simplicity, then v, can be rewritten as

V, RV, =V, . (A-14)

o

Note that gmo= gmi1 is another condition used in this design.
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Fig. 1. Analog front-end for EEG signal measurements with electrode cable

capacitances and calibration blocks for input impedance boosting.

z
—L

OTA Limiter  Froquency
— Divider Oscillator
1 < e < 4
o |, N )< ~@)
. . N7 —_/
IteStl T ltest
= == Instrumentation
Amplifier

Fig. 3. Current injection with the test current generator.

17



Vi+

Bl Vo

_T__o .
Vew DC 0—4 _T_
oV

(©)

Fig. 4. (a) Instrumentation amplifier (IA) with direct current feedback and

negative capacitance generation feedback (NCGFB); (b) variable R

implementation; (¢) input bias circuitry.

18



(ve -Vi+)EmM1

(ve-vi )gm,m 2

@ VGEmb Mo

f

Gr /@3 GD C

(Vi -VG)Ems

VEmh M5

A

@ Ve

”gthluil

(a)

( 4 )"'cgm.mn ( ' )"’Ugm._w]z

R
O ww—1©®
Vi & Vir

(VIVa)Zmmi3 qD ” qD ViZmMI4

Vi vy

lfgm,w.ﬁf f”gm.mo

(b)
Fig. 5. (a) Small-signal model of the IA’s input and feedback stages; (b) small-

signal model of the IA’s output stage.

Cp S]JU C:Il SnU
2-C p Spl 2-C, Sai
| —o"o+ —| |——c"o-¢
Vit 0—g 3 E soVc Vio—e : : —O Vi
2?'Cp Spj.! 2? Cn Sn?
+—F—<c"+ —|——<"¢
CpU CnU
1l 11
11 14

Fig. 6. Negative capacitance generation feedback (NCGFB) with programmable

capacitors between nodes vi+ and vc (and nodes vi- and vp).

19



Vop —

Vout+ M7 me <+> |b2 M? Vout-
Mg MS
M M
Vle | % ° V|n+ Vin- ° | Iﬁz
Ot e e
Vb1 T ' [, | Vi1
w L M, Ma, | ~
Mio TE - - j LMN
Vb2 M w Ms Vb2
e i B e R =
] | M, 1T
: : T . .
(a)
- B R O By

M27

T—F
=
14
=
1
1

Mg

O q OX% O™

Vpb1
M24j
Mi7

.
Mas ©
Mas :II_'_”: ’_| %Mzz—”: |V|\2/5* M12:“—< Vio1
" J pb2
°l

'\"30’:“——”:‘ Mwsl:“——III‘MM — M23—|l:‘M26* Mﬁ’jFM

(c)
Fig. 7. Schematic of (a) the OTA core, (b) the bias current generation structure of

the OTA (N = 10), and (c) the structure to generate the bias voltages of the OTA.

20



>—| Mis
V) lp1 5 c ™~ s ()
J |V|24L:I
__IM17 ' D Vout+
. J ]
M22—I M25* !
A ] ]L{
) J Msg
M13’:“_"_II:‘M14 |_—I Mas—{[, Mzs* lpa’ dP'bf

Fig. 8. Proposed biasing circuit for the OTA’s output stage.

21



160;

120

80 -

40 -

mu = 87.1528
sd 9.50065
=500

70 30

200

150]

100}

50

a

mu 66 88956
500

200

160;

120

80 -

40

100
C

mu = 280.492m
sd 100 826m

° 7100 200 ' 300 4oo(m;00 600 700 800
(e)

Fig. 9. Monte Carlo simulation results of both IAs.
CMRR: (a) IA without NCGFB and (b) IA with NCGFB,
PSRR: (c) IA without NCGFB and (d) IA with NCGFB,

THD: (e) IA without NCGFB and (f) IA with NCGFB

160

120

80

40

mu = 87.1502
Sd 9.48983
=500

200

150

100

50 4

30

(b)

mu = 66.8855
sd =7.24242
N =500

200,

160;

1204

(d)

mu = 280.493m
sd =100.826m
N =500

100 200 300 400(mF00 600 700 800

®

22



\ 1A without NCGFB
7 —0O— 1A with NCGFB

V/sqrt(Hz) {(uV/sqrt{Hz))

n b
TN T T R N N N N

o
T

| T T \lllll\‘ T \l\\ll\l T |\||\\| T \ll\ll‘
10" 10’ 10 10° 10

freq (Hz)
Fig. 10. Noise distributions of the IA without NCGFB and of the IA with NCGFB.

23



A: Zinp and o: Zinn for IA w NCGFB
10 o: Zmp and () Zinn for [A w/o NCGFB

Impedance [Ohm)]

freq [Hz]
(a)
A: Zinp and o: Zinn for IA w NCGFB
10 a: Zmp and O: Zinn for IA w/o NCGFB

Impedance [Ohm]

Fig. 11. Impedances at the [A inputs with and without NCGFB for different Csp
and Csn values: (a) Csp= Csn= 100 pF, (b) Csp= 200 pF and Csn = 50 pF.
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Fig. 14. Voltage swings at the IA input with current injection from the OTA for two
cases: 1.) with NCGFB, ii.) without NCGFB. (Noise was activated during the

transient simulations based on the integrated noise density from 0.01 Hz to 100 Hz.)

Table 1. Parameters of the [A designs without and with NCGFB

Component/Parameter Without NCGFB  With NCGFB

Vbp 12V 1.2V
Power supply current 78 HA 78 HA
Ry 0.7 kQ 0.7 kQ
R, 40 kQ 40 kQ
Co* 41,200 pF 41,200 pF
Cro - 4.3 pF
Cp - 0.082 pF
Cho - 232 pF
Cu - 0.028 pF

* Typically implemented off-chip for high capacitance values, such
as in [2] and [3].
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Table 2. Comparison of simulation results

Performance Without NCGFB  With NCGFB

Gain 32.2dB 32.2dB

Bandwidth 100 Hz 100 Hz

CMRR* @10 Hz 87.2dB 87.2dB

PSRR* @10 Hz 66.9 dB 66.9 dB

THD* @10 Hz for 1 mV .k input -51.1dB -51.1dB
Input-referred offset voltage* 0.945mV 0.945mV

(root-mean-square)
Total input-referred voltage noise 2.72 0V 272 0V

(noise bandwidth: 0.1 - 100 Hz)

* Results were obtained with 500 Monte Carlo simulation runs with process and
mismatch variations using foundry-supplied device models.

Table 3. OTA simulation results

Performance [13] [19] [9] This Work
Output impedance at 100 Hz - - 2.9 GQ 4.6 GQ
Transconductance 33pS 15-150 pS 259 pS 29.2 pS
Output-referred noise / 160 WVims/ 78 WWims /74 WVims /
integration range 0.3-10 Hz i 0.01-100 0.01-100
g & ’ Hz Hz
HD3 (of iou, sinusoidal Vi, = 80 <1%
mVp, at 19.5 Hz) ) (THD) -30.1.dB -29.5 dB
CMRR mean / standard ) i 69 dB/ 85dB/
deviation (with mismatch*) 7.2 dB 6.6 dB
PSRR mean / standard deviation ) i 56dB/ 72 dB/
(with mismatch*) 6.5dB 7.3dB
Supply current ~100 nA <1lpA 168 nAS 686 nAS

* 100 Monte Carlo simulations with a load capacitance of 3 pF at 60 Hz.
$ Includes supply currents for bias circuits.
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